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ABSTRACT

This article presents the results of an experimental verifica�

tion of the New Non�Quasi�Static (NQS) Small�Signal

MOSFET Model proposed in [1,2]. This model is valid in

all operating modes, from weak to strong inversion and from

nonsaturation to saturation. For the purpose of verification

test transistors with de�embedding, dummy structures in

0.35 m technology were designed. The procedure of de�

embedding was based on the open�short [3] method, opti�

mised for RF measurement up to 30 GHz. The results

obtained have confirmed aplicability of the model for the

small�signal MOSFET simulation.

KEYWORDS: Semiconductor device modeling, 

RF IC Design, CMOS and BiCMOS circuit simulations, 

circuits for communications.

The article is reworked from unpublished 2nd IEEE International Conference on Circuits and Systems for Communications (ICCSC) materials.
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I. INTRODUCTION 

Small-signal MOSFET model and clear procedure of 
parameters extraction are needed to successfully design 
analog radio frequency integrated circuits (RFIC). When 
the device operates near or above the cut-off frequency, 
the NQS effects are strongly important. However, most 
models available in SPICE use the quasi-static (QS) 
formulation [4] which can result in unpredictable 
behavior of high-frequency circuits. QS approximation 
assumes the movable carriers in the channel of the 
transistor respond instantaneously to perturbations 
induced by a time-varying external signal, thus the 
channel charge achieve equilibrium once bias is applied.  

As a result, serious inconsistencies arise when the QS 
approach is used to RF MOSFET modeling. For instance, 
according to the models presented in [5] magnitudes of 
transadmittances of voltage-controlled current sources 
tend to infinity as frequency increases. It is worth 
mentioning that any charge–based model, such as 
BSIM3v3, MOS Model 9 or EKV is inherently composed 
of such current sources as those in [5]. 

Also, for frequencies much smaller than the transistor 
cut-off frequency, NQS effects can occur. When an inductive 
load tunes out capacitance at some node, transistor behavior 
QS prediction can fail. Especially, PMOS devices can suffer 
from NQS effect because of lower holes mobility. 
Sometimes, it is possible to find an extremely long channel 
device, like 100µm with cut-off frequency below 1MHz 
where NQS effects can occur for low-frequencies [6]. 

The purpose of this work is to briefly present the 
results of an experimental verification in 0.35µm 
technology of the new NQS model, which was presented 
during 1st IEEE International Conference on Circuits and 
Systems for Communications in St. Petersburg, Russia 
[2]. We investigated admittance parameters of the 
measured test transistors and compared them to model 
simulation results. The experiment design and procedure 
of model parameters extraction are presented here. 

II. NQS MODEL OF THE MOS TRANSISTOR [1-2] 

Fig. 1. Small-signal equivalent circuit of the MOSFET,  
with subcircuit enveloped in dotted line being the intrinsic 

part of the transistor 

The equivalent circuit presented in the picture is 
simplified as compared to the one showed in [2] due to 
application of de-embedding strategy that allow us to 
reject the impact of pad parasitics. The set of equations 
establishing the model is as follows: 

where µ0, EC and E0 are, respectively, the low-field 
mobility, the characteristic field, and the static 
longitudinal electric field at the Q-point. gds, gm and gmb 
are the QS drain-source conductance, gate 
transconductance and bulk transconductance. 

For intrinsic part of the transistor we have y12 = 0. The 
intrinsic MOSFET without parasitics has to be unilateral 
(y12 = 0) for the reason that charge carriers (electrons or 
holes) are only injected through the source-channel 
barrier potential. When frequency goes to infinity, 
magnitude of transadmittance y21 goes to zero, and phase 
is linearly delayed. Transadmittance y21 predicted by the 
model behaves similarly to complex attenuated sinusoid, 
which was verified by experiment. 

III. EXPERIMENT

To verify the model designed were eight test 
transistors in 0.35µm technology with geometries as 
follows (L denotes the channel length in µm, W – the 
channel width in µm, F – the number of fingers): (1) 
L=0.35 W=50 F=5, (2) L=0.5 W=50 F=5, (3) L=0.7 
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W=50 F=5, (4) L=1.4 W=50 F=5, (5) L=0.35 W=100 
F=10, (6) L=0.5 W=100 F=10, (7) L=0.7 W=100 F=10, 
(8) L=0.35 W=200 F=20. The transistor geometries were 
optimized for DC measurement of the drain current with 
swept gate-source VGS, drain-source VDS and bulk-
source VBS voltages and RF scattering parameters 
measurement of the transistor in common source 
configuration through Air Coplanar Probes. The strategy 
of de-embedding was based on the widely used open-
short method [3].  

Although transistor layouts provided possibility of 
drain current measurement with swept bulk-source 
voltage, short between bulk and source for RF 
measurement was obtained using ground of probes. Based 
on RF measurement of the short dummy structure, there 
were extrapolated values of the bulk and source 
inductance Lpar and resistance Rpar to ground in 
common source configuration. These elements cannot be 
removed from the device under test through de-
embedding and had to be included in simulations of the 
model. 

To obtain reliable and repeatable measurements four 
samples with described above eight transistors were 
measured. RF measurements were performed based on 
two different calibration techniques of the network vector 
analyzer (NWA). Two samples were measured making 
use of SOLT calibration method [3] in the 65MHz – 
25GHz frequency range and other samples were measured 
making use of LRM method [3] in the 65MHz – 30GHz 
frequency range. The impedance substrate standard (ISS) 
was used to calibrate the NWA. Transmission lines on 
ISS were used to verify the quality of calibration. For all 
samples, it was obtained almost the same results, which 
eliminates risk of one-time wrong measurement. The 
procedure of transistor de-embedding was verified 
positively for all samples by measurement and de-
embedding of known thru lines. Also, the characteristics 
obtained from the magnitude of hybrid  h21-parameter let 
us treat measurements as reliable in the investigated 
frequency range. Transistors were measured at twenty 
four Q-points, VDS[V]=0, 0.3, 0.6, 0.9, 2.1, 3,3 and 
VGS[V]=0.9, 1.0, 1.1, 1.2. 

In Fig. 2 and 3 shown are representative results, 
respectivelly, y12 and y21 transadmittances for 50µm-
channel width transistors at Q-point VDS=3.3V and 
VGS=1.2V. gds, gm and gmb parameters were extracted 
through DC measurement and EC and µ values were 
taken from IC manufacturer data. Other values of the 
model parameters were obtained by manual curve-fitting 
of admittance experimental and simulated frequency 
characteristics. At first, real(y21) was fitted, which was 
aimed to obtain similar characteristic slope (L[µm]=0.35, 
0.5, 0.7) or period for long channel transitor (L[µm]=1.4). 
Value of coupling parameter DC was extracted in this 
step. Afterwards, imag(y21)  and imag(y12) were fitted 
by Cgd  capacitance tuning. At VDS[V]=0.6, 0.9, 2.1, 3,3 
Q-points, real(y12) was near to zero which agree with 
y12=0 thesis for intrinsic transistor. At these Q-points, 

extracted Rgd-resistance value was equal to zero. An 
increase in real(y12) for higher frequencies is a result of 
described above bulk-source short through ground of the 
measurement system.  At VDS[V]=0, 0.3 Q-points it was 
necessary to tune Rgd to value different than zero, 
because of large decreasing tendency of real(y12) with 
frequency. In the next step, y11 characteristics were 
fitted, accurate fitting was obtained by Cgs and Rgs 
parameters tuning. Afterwards, it was possible to 
perfectly fit y22 characteristics through Cds, Rds and 
Cbd, Rbd tuning. In Fig 4 shown are representative 
results, respectivelly, y11 and y22 admittance parameters 
for transistor with L=0.35µm, W=50µm at Q-point 
VDS=3.3V, VGS=1.2V. Extracted parameter values for 
described transistors at Q-point VDS=3.3V and 
VGS=1.2V summarized are in Table.1. 

IV. CONCLUSIONS

We presented the results of an experimental 
verification of the MOSFET model , we had proposed 
previously. The experimental results show that y21 
MOSFET transadmittance vs. frequency behaves in fact 
like an attenuated complex sinusoid for long channel 
device (L=1.4µm), see Fig.3, which was theoretically 
predicted by the model. Of course, investigated frequency 
range is much wider than presented transistor cut-off 
frequency (fT=2.2GHz). The experiments also confirm 
real(y12)=0 at Q-points VDS[V]=0.6, 0.9, 2.1, 3,3 which 
agrees with thesis on y12=0  for intrinsic transistor. A 
simple parasitics circuit proposed in Fig.1 provides close 
fitting between measured and simulated y11 and y22 
admittance characteristics. The model is in good 
agreement with the experimental results and does not 
have physical inconsistencies unlike other models. 

Table 1 

Extracted small-signal model parameters of 50µm-width 
transistors at Q-point VDS=3.3V and VGS=1.2V, other 
parameters: W=50um, F=5, β=2, EC=2.812 106V/m, 
µ0=475.8cm2/V/s, T=27°C, Rgd=0Ω, Rpar=411mΩ, 
Lpar=29.18pH; the cut-off frequencies are shown  

in the last row 
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Fig. 2. Comparison between measured and simulated  y12 parameters for transistors 
with L[µm]=0.35, 0.5, 0.7, 1.4, W=50µm (VDS=3.3V , VGS=1.2V) 

Fig. 3. Comparison between measured and simulated  y21 parameters for transistors 
with L[µm]=0.35, 0.5, 0.7, 1.4, W=50µm (VDS=3.3V , VGS=1.2V) 
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Fig.4. Comparison between measured and simulated  y11 and y22 parameters for transistor 
with L=0.35µm, W=50µm (VDS=3.3V , VGS=1.2V) 
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ABSTRACT

A systematic method to design a switched�capacitor (SC)

multi�bit    ΔΣ ADC integrated circuit is presented. The mod�

ulator consists of a fourth�order, multi�stage (2�1�1) architec�

ture, with a 3�bit fash ADC in the last stage only. The modu�

lator building blocks specifcations were designed using a sys�

tematic top�down methodology. Trade�offs between circuit

building block specifcations, optimization time and comput�

ing resources are derived. When sampled at 50 MHz, meas�

ured performance reveals an 81.3 dB dynamic range for an

output Nyquist rate of 2.1 MS/s while using a single 1.8 V sup�

ply and dissipating 36 mW of power.

KEYWORDS: switched�capacitor, multi�bit fash ADC, 

optimization time, computing resources, 

digital CMOS technology.
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I. INTRODUCTION 

Delta-sigma modulators (∆ΣΜs) constitute an 
essential block in mixed-signal designs. The increasingly 
stringent requirements of today’s communication systems 
and portable devices are however rendering the design of 
those ∆ΣMs more challenging. Extending the input 
frequency range to exceed the 1 MHz range, while 
maintaining a feasible sampling frequency is further 
rendered more complicated by the ever shrinking 
transistor dimension, and in turn, the supply voltage. The 
above two challenges are causing ∆ΣΜs to suffer from a 
long design cycle increasing therefore its time-to-market. 

Synthesizing the modulator’s main building block 
specifications on the system level is an efficient design 
method that has been suggested in the literature [1]-[3]. In 
this paper, an observation of the weak correlation among 
the parameters to be synthesized allows for the deduction 
of a fast synthesis method using Matlab/Simulink [4]. 
Parameters dictating the final performance of the 
modulator were separated reducing the complexity of the 
algorithm from exponential to linear dependency on the 
variables. In other words, the complexity of the algorithm 
used to deduce the optimum parameters, assuming n 
parameters exist, is reduced from On() to nO1(). Long 
optimization time could therefore be avoided and simple 
sweeps on the key parameters were enough to determine 
blocks’ specifications on the system level. 

This method will be demonstrated efficient in the 
implementation of a well-performing modulator. This 
paper is organized as follows: A detailed description of 
the system-level design of the modulator follows in 
section 2. The circuit implementation and experimental 
results from the fabricated IC are presented in sections 
3 and 4 respectively. Concluding remarks are given in the 
last section of this paper. 

II.I. SYSTEM-LEVEL DESIGN

2.1. Architecture 
The selection of the architecture is the first step in the 

system-level design. In order to achieve a large dynamic 
range, a detailed study for the choice of the appropriate 
topology and proper topology parameters was outlined in 
[5][6]. Therefore, the assumption for the remainder of this 
paper is that the architecture is already selected. The focus 
will be on the impact of the circuit non-idealities on the 
system performance. 

In order to meet the goal specifications: minimum of 
14 bits of resolution for ~ 1 MHz input bandwidth, a 4th 
order, single-bit, cascade 2-1-1 architecture with a 3-bit 
quantizer in the last stage and 50 MHz sampling 
frequency, fs were chosen. 

2.2. Non-Idealities Considered 
The complete system-level representation of the non-

ideal model of the integrator was achieved in 
Matlab/Simulink. The inputs to this block include but are 

not limited to the following non-idealities: operational 
transconductance amplifier (OTA) DC gain, unity-gain 
bandwidth (BW), slew rate (SR), input thermal noise 
density (Sn), switch on-resistance (R), and sampling 
capacitor (Cs). Other constants include the system 
oversampling ratio, OSR, Boltzman’s constant (K) and 
the temperature (T). The comparator offset is another 
parameter that was included in the non-ideal 
characterisation of the modulator, even though noise-
shaping alleviates its degradative effect on the overall 
system performance. 

A description of the effect of each one of those non-
idealities on the overall system performance is presented 
next. In this paper, the choice was made to carry out the 
optimization for parameters such as OTA DC gain, BW, 
SR, etc., rather than parameters such as OTA differential 
pair transconductance, output impedance, and biasing 
current, as was done in [2]. The latter method assumes an 
op amp topology constraining therefore the mapping of 
the obtained results to any other topology. The effect of 
each circuit non-ideality is explained next. 

The OTA thermal noise is computed using a 2-pole 
system approximation. The root-mean-squared, RMS 
input-referred thermal noise is then given by  

n S BW( ) / ( A2 ),

where A represents the finite DC gain of the OTA. 
The switched- capacitor (also knows as KT/C) noise is 

computed according to 

K T( ) / (  ).sC OS R

The distortion due to the front-end switches were 
deduced separately. The switches of the front-end 
sampling network introduce distortion due to the 
dependency of their on-resistance on the input voltage. 
The worst-case distortion due to the variation in the 
resistance of the input switches was quantified in [2] and 
is given by: 

where THD stands for the total harmonic distortion. 
A plot of the magnitude of the THD,|THD|, as a 

function of the witch on-resistance reveals that in the case 
where Cs = 1 pF, fs = 50 MHz and a maximum allowable 
distortion of 80 dB, a maximum switch on-resistance, 
Rmax of 540 Ω is allowed. 

All the previously mentioned inputs were then added 
together, with an input saturation block to represent the 
limited input swing of the OTA, to constitute the input to 
a modified delayed-integrator transfer function. The finite 
DC gain of the OTA, A, as well as capacitor ratio 
mismatch denoted by a, will transform the transfer 
function from the ideal 1 ⁄ (z – 1) transfer function for a 
delayed integrator to: 
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The limited OTA SR and BW were also modeled 
using a Matlab function that computes the current output 
given a current input, previous output and three cases 
which are determined by a purely slewing behavior, 
purely exponential behavior or a combination of both. A 
Matlab function is dedicated to compute the output value 
after checking for each one of the three cases. 

Finally the OTA output limited swing is modeled by a 
saturation block at the output of the modulator. 

Accounting for all the non-idealities discussed above 
will transform the transfer function of the integrator from 
a single-input, single-output transfer function given by 
1 ⁄ (z – 1) to a more complex model which was generated 
in Simulink and Matlab as mentioned earlier. 

In order to study the simultaneous effects of some of 
the circuit non-idealities on the system’s performance, 
3-D simulation sweeps on the key non-idealities were 
carried out. Observations of the results shown in Figure 1 
reveal that little correlation exists between the swept 
variables. The absence of maxima in the plots reveals that 
no one optimum solution exists, rather, the plots can be 
used to find the minimum specification needed for each 
one of the swept variables to meet the desired SNR. As an 
example, a plot of the SNR (where noise throughout 
includes harmonic bins) as a function of the OTA thermal 
noise density, Sn and BW is shown in Figure 1 (b). The 
monotonically increasing plots imply that these 
parameters could be considered uncorrelated over a 
practically large range of OTA BW and Sn. Similar 
conclusions could be drawn when observing the other 
plots in Figure 1, hence the validation of the separation of 
variable method, with the exception of BW and SR which 
both determine the settling behavior of the OTA and need 
to be swept simultaneously. 

Fig. 1. Peak SNR versus: (a) BW and SR, (b) BW  
and Sn, (c) SR and Sn and (d) DC Gain and Sn 

The above observation eliminates the need for a time-
consuming, difficult-to-setup multi-dimensional 
optimization. 

The difficulties associated with setting up multi-
dimensional optimization and selecting a set of good 
initial conditions for convergence purposes could also be 
avoided. Instead, 1-D sweeps on each circuit non-ideality 
separately is enough for all practical purposes to deduce a 
set of specifications that will eventually be mapped into a 
transistor-level system. 

In [7], the method presented above was used to design 
a single-bit ∆Σ ADC. The aim of the current work 
presented in this paper is to extend those results to include 
multi-bit modulators for higher achievable resolution. 
A complete section is therefore devoted for discussing the 
DAC non-linearities and their effect on the system 
performance, and is presented next. 

2.3. DAC Non-Idealities in Multi-bit Quantization 

As mentioned earlier, with multi-bit quantization, the 
DAC linearity becomes a concern when high resolution 
∆Σ ADCs are required. If the DAC exhibits non-
linearities that exceed the overall system linearity 
requirement, then the converter will be limited to the 
DAC accuracy. Different calibration techniques were 
proposed in the literature to improve the performance of 
the internal DAC through the use of individual level 
averaging, data weighted averaging, and other modified 
versions of the previous methods. Each one of those 
proposed methods has advantages and disadvantages 
which won’t be discussed here.  

One common feature to all these correction techniques 
is that they improve the DAC linearity at the expense of 
additional power dissipation. For the design under 
consideration, and in order to keep the power dissipation 
to a minimum, system-level simulations presented next 
will show that the required DAC Integral-Non-Linearity, 
INL is believed to be met with a simple resistor string and 
careful resistance choice and layout techniques. Note that 
multi-bit quantization in the last stage only was used as 
explained in great details in [6]. 

The effect of the DAC INL on the overall dynamic 
range of the modulator was simulated in Matlab/Simulink. 
The reference voltages in both the ADC and DAC of the 
last stage of the modulator were deviated from their ideal 
levels. To do so, an additive noise source having a 
Gaussian distribution, with variance (noise power) swept 
between 0 LSB (ideal DAC curve) and 1 LSB, where 
LSB = Least Significant Bit, and defined as: 

The DAC INL was then calculated using the best-fit 
line method. The results of the selected INL curves and 
the corresponding SNDR as a function of input power of 
the modulator are shown in Figure 2.  
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Fig. 2. (a) INL for different non-ideal DAC transfer curves and 
(b) corresponding SNDR 

From the plots, it can be seen that provided that the 
maximum DAC INL is limited to 0.15  LSB, the 
achievable resolution is ~ 14 bits. 

2.4. Building Block Specifications Synthesis 
Based on the observation of the little correlation 

existing between the variables, specifications on the 
building blocks were deduced using 1-D sweeps only. One 
variable representing one circuit non-ideality was swept at 
a time, while the other variables were made ideal. 

Plots of the SNR versus different circuit non-idealities 
were all found to be monotonic, as expected. The 
minimum OTA DC gain, BW, SR, input thermal noise 
density, comparator offset as well as the input switching 
network time constant could therefore be deduced. The 
DAC maximum allowable non-linearity could be deduced 
from Figure 2. 

III.I SC CIRCUIT IMPLEMENTATION

3.1. Operational Transconductance Amplifier 
A single-stage folded-cascode topology was used for 

the implementation of the OTA due to its excellent 
frequency characteristics. A complementary differential 
pair at the input was used in order to allow for a larger 
input swing. Gain boosting were added to the output stage 
in order to increase the OTA DC gain. Pole-zero modeling 
of the OTA was performed in order to choose the optimum 
biasing and transistor sizing while meeting the stringent 
requirements using a single 1.8 V supply and minimum 
power dissipation. A switched-capacitor common-mode 
feedback circuit was used due to its low power dissipation. 
The optimized OTA achieves 100 dB DC gain. When 
loaded with 1.5 pF capacitive load, the OTA achieves 410 
MHz unity-gain bandwidth, a phase margin of 58°, and 
236, 246 V/µs rising, falling slew rates respectively. 

3.2. Comparator & Multi-bit Quantizer 
A CMOS dynamic comparator and a clocked RS latch 

were used to implement the 1-bit quantizer. In the case of 
the multi-bit (3b) quantizer in the last stage, a flash ADC 
comprising of 7 dynamic CMOS comparators was used. 
The reference voltages were generated using a resistor 
string, and a switched-capacitor arrangement to carry out 
the subtraction between the reference levels and the 

integrator outputs [8]. The resistor values had to be 
chosen small enough to avoid long settling time, but large 
enough to minimize power dissipation. Values chosen for 
the resistors also have an impact on the matching which 
directly affects the resolution of the multi-bit ADC/DAC. 

As explained earlier, the INL of the DAC had to be kept 
below 0.15  LSB. Assuming a 3-bit DAC with full swing 
range of about 0.5 V, and using (3), we get that the noise on 
the DAC reference voltages due to mismatch in the resistor 
values generating those levels (as well as some other noise 
sources such as substrate noise) have to be kept below 10.7 
mV. Since it is only matching between resistors and not 
absolute values that matters, with proper layout techniques, 
the matching between any two or more resistors could be 
made as small as 0.01% (1%being an achievable mismatch 
ratio with moderate layout techniques) [9]. 

Even with a moderate matching of 1% between the 
various resistors, the INL requirement of 10.7 mV is 
achievable with a simple resistor string. 

It is worth mentioning that the choice of the resistor 
layout dimensions (width and length) also affects the 
matching percentage between two or more resistors due to 
process variations. All of the above considerations were 
taken into account when the resistors were laid out in 
order to minimize the process variation effects 
controllable by proper layout techniques. The final 
resistance choice was set to 200 Ω.  

No pre-amplification stage was used for the 
comparator due to the its relaxed offset requirements. The 
implemented comparator achieves a resolution equivalent 
to 11 bits, capable therefore of resolving a differential 
signal of ~880 µV. 

3.3. Switches 
The switches were implemented using regular 

transmission gates. Despite the low voltage used to clock 
the gates of the switches, sizing the NMOS and PMOS 
according to (1) will limit the distortion of the front-end 
sampling network to an allowable level. 

3.4. Other Blocks 
The four-phase non-overlapping clocks were 

generated on-chip, from a single off-chip clock. Delayed 
versions of the clocks (together with fully differential 
implementation) were used to minimize charge injection. 
Both clocks and their complementary signals were 
generated for both the NMOS and PMOS transistors of 
the switches. Buffers appropriately sized for driving the 
clock line capacitive load with fast rise/fall times were 
inserted at the clock outputs. 

The overall SC circuit is shown in Figure 3, and its 
mapping into a 0.18 µm, single-poly, 6-metal CMOS 
process IC is shown in Figure 4. Post-layout simulations 
were performed on the IC and it is worth mentioning that 
no transistor-level iterations were needed since no 
performance degradation in the SNR between the non-
ideal system (Simulink) and transistor-level system 
(Cadence) were observed. 
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Fig. 3. SC implementation of the multi-bit modulator 

Fig. 4. IC (a) microphotograph and (b) measured DR 

IV.V EXPERIMENTAL RESULTS

A four-layer printed circuit board was used to test the 
IC. Separation of analog and digital planes, de-coupling 
capacitors and voltage regulation for the supply voltage 
lines were included. The differential input was generated 
using a Teradyne A567 mixed-signal tester and the clock 
using a Hewlett Packard high-quality pulse generator 
model number 81130A. The achieved dynamic range, DR 
shown in Figure 4 (b) is 13.2 bits of resolution. Table 1 
summarizes the measured specifications of the IC. 

V. CONCLUSIONS 

We have presented the implementation and 
experimental results of a performing multi-bit ∆Σ ADC in 
0.18 µm digital CMOS technology. Careful system-level 
modeling and synthesis of circuit specifications were used 
to minimize the power dissipation. It was shown that 
assuming independency among the circuit non-idealities 
and optimizing for each separately can provide a practical 
means for achieving a target specifications in the presence 
of complex and unpredictable interactions between the 
non-idealities. Experimental results agreed to some extent 
with the system-level modeling. The expected dynamic 
range was 14 bits while experimental results showed a 
resolution of 13.2 bits. Verification of the system-level 
modeling method was also conducted on a single-bit 
modulator, revealing even closer matching between 
expected and experimental results, justifying further the 
usefulness of the proposed method. 

Table 1 
Summary of measured specifications 
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ABSTRACT

The Layered Space�Time Processing approach to STC was

first introduced by Lucent's Bell Labs, with their BLAST fam�

ily of STC structures. The information bits are demultiplexed

into individual streams, which are then fed into individual

encoders. These coders may be binary convolutional coders,

or even no coding at all. The outputs of the coders are modu�

lated and fed to the separate antennas, from which they are

transmitted, using the same carrier�frequency/symbol wave�

form (TDMA) or Walsh code (CDMA). At the receiver, a

spatial beamforming/nulling (zero�forcing) process is used at

the front end in order to separate the individual coded

streams, and feed them to their individual decoders. The out�

puts of the decoders are multiplexed back to reconstruct the

estimate of the original information bitstream. Various

receivers for communication system with Space�Time Coding

in MIMO Channel are considered. Performance analysis was

provided by statistical simulation for various parameters of

communication system.
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INTRODUCTION 

The Layered Space-Time Processing approach to STC 
was first introduced by Lucent's Bell Labs, with their 
BLAST family of STC structures [1]. The basic concept 
behind layered STC is illustrated in Figure 1. The infor-
mation bits are demultiplexed into individual streams, 
which are then fed into individual encoders. These coders 
may be binary convolutional coders, or even no coding at 
all. The outputs of the coders are modulated and fed to the 
separate antennas, from which they are transmitted, using 
the same carrier-frequency/symbol waveform (TDMA) or 
Walsh code (CDMA). At the receiver, a spatial 
beamforming/nulling (zero-forcing) process is used at the 
front end in order to separate the individual coded 
streams, and feed them to their individual decoders. The 
outputs of the decoders are multiplexed back to recon-
struct the estimate of the original information bitstream.   

Fig. 1. Model of digital communication system with multiple 
transmitting and receiving antennas 

Several types of BLAST structures were proposed [1]-
[6]: Horizontal BLAST (H- BLAST), Diagonal BLAST 
(D-BLAST) and Vertical BLAST (V-BLAST). The sys-
tem model with V-BLAST architecture is shown by the 
Fig.1. This model may be considered as a system with 
spatial multiplexing. 

Fig. 2. V-BLAST high-level system diagram 

The system model with V-BLAST can be described 
by the following observation equation: 

where A – is the complex QAM symbol vector with di-
mension N; Y – is the complex observations vector with 
dimension M; H – is an (M × N) dimensioned channel 

matrix, whose each element is complex Gaussian random 
value with zero mean and unit variance; η – is the com-
plex Gaussian random vector with zero means and  2

n

variances; Es – is energy of radiated signal. 

MIMO RECEIVER ARCHITECTURES 

In this section, we shall discuss receiver architectures 
for spatial multiplexing (N= M). Hence, receiver tech-
niques (that have been studied in detail) such as zero-
forcing (ZF), minimum-mean square error estimation 
(MMSE) and (optimal) maximum-likelihood sequence 
estimation (MLSE) can be applied directly.   

The problem faced by a receiver for spatial multiplex-
ing is the presence of multi-stream interference (MSI), 
since the signals launched from the different transmit an-
tennas interfere with each other (recall that in spatial mul-
tiplexing the different data streams are transmitted co-
channel and hence occupy the same resources in time and 
frequency). For the sake of simplicity we restrict our at-
tention to the case (N= M).  

A. Maximum-likelihood (ML) receiver. The ML re-
ceiver performs vector decoding and is optimal in the 
sense of minimizing the error probability. Assuming 
equally likely, temporally uncoded vector symbols, the 
ML receiver forms its estimate of the transmitted signal 
vector according to 

where the minimization is performed over all possible 
transmit vector symbols A. Denoting the alphabet size of 
the scalar constellation transmitted from each antenna by 
Q, a brute force implementation requires an exhaustive 
search over a total of vector QN symbols rendering the 
decoding complexity of this receiver exponential in the 
number of transmit antennas. However, the recent devel-
opment of fast algorithms [7], [8], [9] for sphere decoding 
techniques [10] offers promise to reduce computational 
complexity signi_cantly (at least for lattice codes). As 
already pointed out above, the ML receiver realizes N-th 
order diversity for Horizontal Encoding (HE) and (full) 
NM-th order diversity for Vertical Encoding (VE) and 
Diagonal Encoding (DE).  

B. Linear receivers. We can reduce the decoding 
complexity of the ML receiver significantly by employing 
linear receiver front-ends to separate the transmitted data 
streams, and then independently decode each of the 
streams. We discuss the zero-forcing (ZF) and minimum 
mean squared error (MMSE) linear front-ends below.  

ZF receiver: The ZF front-end is given by 
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The output of the ZF receiver is obtained as 

which shows that the ZF front-end decouples the matrix 
channel into MT parallel scalar channels with additive 
spatially-colored noise. Each scalar channel is then de-
coded independently ignoring noise correlation across the 
processed streams. The ZF receiver converts the joint 
decoding problem into N single stream decoding prob-
lems (i.e., it eliminates MSI) thereby signi_cantly reduc-
ing receiver complexity. This complexity reduction 
comes, however, at the expense of noise enhancement 
which in general results in a signi_cant performance deg-
radation (compared to the ML decoder). The diversity 
order achieved by each of the individual data streams 
equals (M-N+1) [11], [12].  

MMSE Receiver: The MMSE receiver front-end bal-
ances MSI mitigation with noise enhancement and is giv-
en by 

In the low-SNR regime E / 1,s 
2   the MMSE re-

ceiver approaches the matched-filter receiver given by 

and outperforms the ZF front-end (that continues to en-
hance noise). At high SNR E /  1,s 

2 

i.e., the MMSE receiver approaches the ZFreceiver and 
therefore realizes (M-N+1)-th order diversity for each 
data stream.  

Successive cancellation receivers. The key idea in a 
successive cancellation (SUC) receiver is layer peeling 
where the individual data streams are successively decod-
ed and stripped away layer-by-layer. The algorithm starts 
by detecting an arbitrarily chosen data symbol (using ZF 
or MMSE) assuming that the other symbols are interfer-
ence. Upon detection of the chosen symbol, its contribu-
tion from the received signal vector is subtracted and the 
procedure is repeated until all symbols are detected. In the 
absence of error propagation SUC converts the MIMO 
channel into a set of parallel SISO channels with increas-
ing diversity order at each successive stage [2], [13]. In 
practice, error propagation will be encountered, especially 
so if there is inadequate temporal coding for each layer.  

The error rate performance will therefore be dominat-
ed by the first stream decoded by the receiver (which is 
also the stream experiencing the smallest diversity order).  

Ordered successive cancellation receivers. An im-
proved SUC receiver is obtained by selecting the stream 
with the highest SINR at each decoding stage. Such re-
ceivers are known as ordered successive cancellation 
(OSUC) receivers or in the MIMO literature as V-BLAST 
[3], [4].  

OSUC receivers reduce the probability of error propa-
gation by realizing a selection diversity gain at each de-
coding step. The OSUC algorithm requires slightly higher 
complexity than the SUC algorithm resulting from the 
need to compute and compare the SINRs of the remaining 
streams at each stage. 

SIMULATION 

BER versus SNR curves are shown by the Figures 3-6 
for ZF receiver, MMSE receiver V-BLAST receiver with 
ZF algorithm, V-BLAST receiver with MMSE algorithm 
and optimal ML receiver.   

QPSK case and N=M=4 is shown by the Fig.3. Spec-
tral efficiency of such system is 8 bps/Hz. 16QAM case 
and N=M=4 is shown by the Figure 4. Spectral efficiency 
of such system is 16 bps/Hz. QPSK case and N=M=8 is 
shown by the Figure5.  

Spectral efficiency of such system is 16 bps/Hz. 
16QAM case and N=M=8 is shown by the Figure 6. 
Spectral efficiency of such system is 32 bps/Hz. Channel 
with independent Rayleigh fadings is considered in all 
mentioned cases. 

Fig. 3. BER versus SNR for N=M=4 and QPSK modulation 
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Fig. 4. BER versus SNR for N=M=4 and 16QAM modulation 

Fig. 5. BER versus SNR for N=M=8 and QPSK modulation 

Fig. 6. BER versus SNR N=M=8 and 16QAM modulation 

Looking at these plots, it is possible to se, that V-
BLAST receiver with MMSE algorithm in each iteration 
has best performance among suboptimal reception algo-
rithms. This receiver has about 4…9 dB losses at 
BER=0.001, versus optimal receiver. Note, that efficiency 
of such algorithm drops for high order modulation.   
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ABSTRACT

A problem with long on�chip wires is the resulting delays, and repeater 

insertion becomes essential to mitigate this problem. Point�to�point 

wiring leads to an increase in the area and repeater insertion leads to an 

increase in power consumption. The complexity of System�on�Chip 

(SoC) designs con� tinues to increase, and traditional bus�based inter� 

connects will not be sufficient to manage the communication 

requirements of future billion transistor chips. The properties of our 

OCN are now reviewed. The OCN provides reliable communication. 

This is achieved by ensuring that data dropping is not allowed. On� 

Chip Network's (OCN's) provide a scalable alternative to existing on� 

chip interconnects. The key element of the OCN is the router. We pres� 

ent a prototype design of a 5�input, 5�output, scalable router. The 

router is constructed from a collection of parameterizable and reusable 

hardware blocks and is a basic building block of the OCN. The router 

supports wormhole routing, and is characterized by an area of 0.3 mm2 

in 0.18 micron CMOS technology.
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INTRODUCTION 

With the increasing complexity of SoC’s, there is an 
increasing demand for high performance communication 
between the IP’s (computation blocks) [1-4, 6-8]. The 
current solution for implementing SoC’s with multiple 
processors, memories, etc. is to use a time-division mul-
tiplexed (TDM) bus, e.g. AMBA from ARM. All the 
communication is done over a shared transmission me-
dium, so only a single master can drive the medium at 
any given instant. An arbitration mechanism has to be 
used to allow only one master to drive the shared medi-
um at a time. This does not enable an extremely high-
performance or a highly scalable solution. 

A problem with long on-chip wires is the resulting 
delays, and repeater insertion becomes essential to miti-
gate this problem. Point-to-point wiring leads to an 
increase in the area and repeater insertion leads to an 
increase in power consumption.  

OCN’s provide an elegant solution to these problems 
because [1-4] they (a) structure and manage global 
wires in new deep submicron technologies, (b) share 
wires, lowering their number and increasing their utili-
zation, (c) can be energy-efficient and reliable, (d) are 
scalable when compared to traditional buses, and (e) 
allow multiple simultaneous transactions. 

The properties of our OCN are now reviewed. The 
OCN provides reliable communication. This is achieved 
by ensuring that data dropping is not allowed. The 
OCN is free FROM deadlock. This can be ensured if no 
resource is allowed to be locked indefinitely while waiting 
for another resource. Deadlock can be avoided without 
dropping data by introducing constraints either in the 
topology or routing. The OCN conforms to data order-
ing to eliminate the need for reordering modules. This 
minimizes the buffer space. The overall latency and hard-
ware overhead of the OCN is minimal. This is 
achieved by the use of wormhole routing. 

In this paper, we describe our OCN architecture and 
explain how transactions are handled. We present the 
design of a 5-input, 5-output, scalable router suitable for 
our OCN. 

OCN ARCHITECTURE 

The OCN has been implemented as a 2-dimensional 
mesh as seen in Figure 1 [5]. It uses 5-port routers that 
allocate four ports to connect to other routers and one 
port to connect to the local IP block interface (port).  

The local IP port is connected through a wrapper 
to the router. The wrappers handle IP and network 
port differences such as transaction handling, port 
width, endianness, etc. The wrappers act as an interface 
between the IP block clock domain and the interconnect 
(OCN) clock domain. 

Fig. 1. A 2 x 2 OCN with routers, wrappers and IP blocks 

NETWORK SWITCHING OPTIONS 

A network using circuit switching has low complexity 
routers because their main function is to connect an 
incoming link to an outgoing link. Deadlocks are easily 
avoided since the circuit setup can either succeed or fail, 
but it cannot stall somewhere in this process.  

Packet switching leads to more complex routers as 
the router has to buffer every packet before routing it, 
or the router has to use several virtual channels, or the 
router has to restrict the possible paths, to avoid dead-
locks. Packet switching also suffers from latency prob-
lems, wherein the packet delay through the OCN can 
be several hundred or even several thousand cycles, de-
pending on the routing algorithm and router implementa-
tion. Even for a wormhole routing network there is a 
possibility that the packets will be stalled for a long time 
due to other traffic.  

This is because there is always a statistical distri-
bution of packet delays in a packet switched network, 
which could also lead to the out-of-order arrival of 
packets at the destination. Circuit switching has an 
advantage over packet switching since the data transfer 
latency is only dependent on the distance, and there is 
no dependency on other factors, viz. other traffic in the 
network. The only dependency on the traffic situation in a 
circuit switched network is when setting up a route. All 
data is also guaranteed to arrive in the same order it is 
sent. 

NETWORK TRANSACTION HANDLING 

Route Setup Flow 
The network transactions consist of four to six phases 

depending on whether the first routing try is successful 
or not.  



18 No. 4. 2021SYNCHROINFO JOURNAL

A successful transaction has four phases. (I) First a 
request is sent from the source to the network. As this 
request finds its way through the network, the route is 
temporarily locked, and cannot be used for any other 
transaction. (II) The second phase starts when the re-
quest reaches its destination. An “acknowledge” is sent 
back along the route to the source. (III) When the 
“acknowledge” has returned to the source, the third 
phase starts. The actual transfer of the data payload is 
done during this phase. (IV) Finally after the data has 
been transferred, a ‘cancel’ request is sent that releases 
all resources as it follows the route. Figure 2 shows a suc-
cessful transaction. 

Fig. 2. Two successful circuit setups 

PCC: Packet Connected Circuit 
We refer to the novel hybrid circuit switching with 

packet-based setup introduced in section Route Setup 
Flow as “packet connected circuit” or PCC for short. 
PCC has the following nice properties: 

(a) PCC is deadlock free since no resources are 
locked while waiting (indefinitely) for other resources. 

(b) The routing hardware in the router becomes very 
simple since no special cases like stalls or virtual 
channels must be considered. 

(c) There is no inherent limit on route selection 
algorithms in the PCC scheme. 

(d) No central controller is required, and hence it is 
scalable. 

Routing 
A minimum path-length algorithm has been select-

ed. Since the network does not change after the chip 
has been manufactured, this knowledge is static and de-

cided at the time of high level synthesis of the network. 
The routing decisions are simply based on the destina-
tion address and the known direction. If there is more 
than one direction that leads to the destination, one is 
selected. If the primary selection is occupied, the se-
cond choice will be used. If there are no free outputs that 
lead to the destination, routing is not possible and the 
router will send a “negative acknowledgement” to the 
source. 

ROUTER DESIGN 

The interface to the router is shown in Figure3. In to-
tal 19 wires are used in each direction. 16 wires carry 
forward going data and routing request packets, 1 wire 
is used for forward control, and 2 wires are used for 
reverse control. The routing request packet is 16 bits 
wide, and comprises of the 8 bit destination address 
and 8 auxiliary bits.  

The forward control handles the framing of transmis-
sions and clock information to allow for easy retiming of 
the transfers when using mesochronous clocking (i.e. 
same frequency, but unknown phase). The reverse con-
trol carries the positive and negative acknowledge-
ments. The diagonal line in the figure represents a simi-
lar interface to the local IP wrapper. 

Fig. 3. Interface to the router 

Clocking Methodology 
Considering the high clock rate and the distributed 

nature of an on-chip network, the wire delays between the 
components become a serious problem in a traditional 
synchronous design methodology. In order to allow for 
wire delay and skew, we propose the use of 
mesochronous clocking with signal retiming in the OCN 
[9]. 

Router Block Diagram 
Fig. 4 is the block diagram of the router. There is one 

input fsm, one fifo, one address decode module, and one 
output fsm for each port of the router. This implemen-
tation allows for easy scalability.  
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The number of IP cores connected to the router can 
be increased by instantiating the additional number of 
input fsm’s, fifo’s, address decode modules, and output 
fsm’s. The priority encoder and the arbiter can be easily 
scaled using parameterizable Verilog modules. 

Fig. 4. 5-input 5-output router 

Address Decode Module 

In Figure 5, the destination address field, which is a 
part of the routing packet, is 8 bits wide. The address 
decode unit compares the higher 4 bits and the lower 
4 bits of the router address respectively to determine the 
routing direction for the input routing packet. 

Fig. 5. Address Decode module 

Priority Encoder 
The 5 ports of the router have been assigned fixed 

priorities. The priority encoder performs the input-side 
arbitration for the case when multiple routing packets 
arrive at the different inputs of the router simultaneous-
ly. Although this fixed-priority scheme is not fair to all 
inputs, and contributes to congestion in the network, 
this scheme has been adopted to save area. 

Arbiter 
The arbiter does the output-side arbitration. An output 

port being used by an input port, is unavailable for use 
by the remaining input ports. The arbiter routes the rout-
ing packet to the appropriate output port, if the output port 
is available, i.e. not locked by another input. If no out-
put port is available, the arbiter indicates its inability to 
establish a route by sending a ‘negative acknowledge-
ment’. 

LATENCY ANALYSIS 

There are two primary types of latency in the net-
work. One is related to the route setup time and the other 
is related to the payload transfer. Both latencies are lin-
early dependent on the distance between the source 
and the destination. The route setup latency consists of 
first the request handling latency, which is 4 network 
clock cycles per router for request buffering and route 
selection. The second part of the route setup latency is 
the acknowledgement latency, which is 1 network clock 
cycle per router. Since the network is circuit switched, 
the data transfer latency is just 1 network clock cycle per 
router to allow for retiming. 

During the 4 clock cycles that it takes for a router 
to forward the routing packet to the next router, the in-
coming data is stored in the FIFO in the router. In the 
previous implementation of the router [10], this was not 
possible. In the previous version of the router, the data 
transfer from the source could not begin until the con-
nexion was setup. 

As soon as a connection is set up, this data (stored 
in the FIFO) is then streamed out to the destination. If a 
connexion cannot be set up, the data in the FIFO is 
cleared, and a negative acknowledgement is sent to the 
source. Since it takes 4 clock cycles for the router to for-
ward the routing packet, the FIFO has to store 4 data 
packets in the best case. In the worst case, if all ports 
receive routing packets simultaneously, the FIFO in the 
lowest priority input has to store 8 packets.  

The overall worst case FIFO size is thus equal to the 
worst case FIFO size per router multiplied by the 
worst case number of hops between the longest path 
through the OCN. On account of the high network speed 
desired, the FIFO’s have been implemented using flip-
flop’s, and not dual-port RAM’s. The FIFO area (16*5 
slots) is a significant percentage of the router area, but 
this trade-off was made with the goal of minimizing the 
latency through the OCN. 

Due to the high internal clock rate in the network, 
the latency will appear lower from the IP block per-
spective. With a targeted network clock frequency of 
1.2 GHz and a targeted route setup latency of 6 
clock cycles, and a typical IP block clock frequency of 
300 MHz, the apparent route setup latency will be only 
1.75 cycles. The data transfer latency will appear as 0.25 
cycles per router. 
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The wrappers will incur some setup and data trans-
fer latency of their own. A discussion about the latency 
due to the wrappers has been omitted, since the wrappers 
have yet to be implemented. 

We emphasize that our OCN architecture provides 
guaranteed throughput and latency, after a route setup has 
been successful. While a successful route setup cannot be 
guaranteed, this problem can be solved by proper schedul-
ing at the software level. This trade-off has enabled us 
to minimize the complexity of the router. 

CONCLUSIONS 

An area-efficient design and architecture of a router 
for future OCN applications has been presented. The 
router is ideal for applications requiring high throughput 
and low latency. The router has been synthesized using 
Cadence PKS in 0.18 micron CMOS technology, and has 
an area of 0.3 mm2. 

FUTURE WORK 

Wrappers for commonly used IP cores such as ARM, 
etc. will be designed. A demonstrator system is 
planned, which will feature the complete OCN solution 
consisting of the routers, wrappers, and IP cores. 
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ABSTRACT

Since the regulation of voltage supply is one of the most critical

requirement of the electronic system design, the monolithic voltage

regulator has become one of the most important building block of

both analog and digital systems. This importance has been recently

increased with the emergent low voltage technologies, encouraging

industrials and researchers to work on new regulator structures. The

voltage regulator presented here, has been first calculated and simu�

lated through PSpice. The paper deals with the conception of a series

voltage regulator integrated in 0.6Вμm CMOS technology. This type

of regulators has become one of the most important building block of

both analog and digital systems. It is constituted by a bandgap voltage

reference and an error amplifier associated with a ballast element.

The circuit obtained is unconditionally stable with good performanc�

es: a power�supply�rejection�ratio < 2%, an output resistance 

< 0.3 Ω and a temperature coefficient < 10 ppm. It is integrated on an

ASIC for on board applications where low volume and low power

consumption are key elements. 

KEYWORDS: Analog design, Bandgap circuit, CMOS technology,

Integrated circuits, Voltage regulator.
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INTRODUCTION 

Since the regulation of voltage supply is one of the 
most critical requirement of the electronic system design, 
the monolithic voltage regulator has become one of the 
most important building block of both analog and digital 
systems. This importance has been recently increased 
with the emergent low voltage technologies, encouraging 
industrials and researchers to work on new regulator 
structures. The voltage regulator presented here, has been 
first calculated and simulated through PSpice. Then, the 
layout of the circuit has been drawn through Cadence 
Virtuoso and sent to foundry (0.6 µm CMOS technology).  

We will first present the voltage regulators (section 
II). Then, we will present the bandgap voltage reference 
(section III) and the CMOS AOP circuit (section IV). To 
finish with, in section V, we will give the performances 
obtained. 

THE VOLTAGE REGULATOR 

The function of a voltage regulator is to provide a 
specified and constant output voltage from a fluctuating 
input voltage. The output voltage of this regulator (inde-
pendent from the changing load conditions) would then be 
used to supply other circuits. Today, there are two differ-
ent types of IC voltage regulators: the series regulators and 
the switching regulators [1]. The series regulator are con-
nected in series with the load and the unregulated input 
voltage. They consist of three main elements as shown on 
figure 1. The voltage reference source generates a refer-
ence voltage Vr, independent of the unregulated input 
voltage variations or the temperature changes. The error 
amplifier compares Vr with a fraction of the output volt-
age Vo and generates a corrective error signal to regulate 
the voltage drop across the ballast element. Vo is derived 
from the actual output voltage by means of the sampling 
resistances R1 and R2. 

Fig. 1. Block diagram of series regulator 

If the error amplifier gain Ad is sufficiently high, the 
voltage drop across the ballast element will vary with the 
fluctuations of the unregulated input voltage to maintain 
the output voltage V0 constant and equal to: 

(1) 

where α is the feedback factor, determined by the sam-
pling resistances, that is: 

(2) 

Thus, the circuit produces an output voltage which is, 
to first order, independent of the input voltage and propor-
tional to Vr. For most applications [2], the open-loop volt-
age gain Ad is on the order of 60-70 dB, which is usually 
obtained from two gain stages (a source-coupled pair and a 
common-source stage). That’s why it has to be frequency-
compensated to ensure stability under all operating condi-
tions.  

In CMOS technology, both MOS and/or bipolar tran-
sistor can be applied to generate the basic signals for volt-
age reference [4-6]. In case of MOS transistors, the basic 
signals are derived from the threshold voltage and the mo-
bility. In the bipolar transistors, the base-emitter voltage 
and the saturation current are used for the extraction of the 
basic signals. It appears that the base-emitter voltage and 
saturation current of the bipolar transistors show better 
temperature characteristics than the threshold voltage and 
mobility of the MOS transistors. The low accuracy of the 
CMOS reference circuits is due to mismatching of compo-
nents, drift, temperature effects, 1/f noise and mechanical 
stress. Thus, most of the voltage reference circuits apply 
bipolar transistors as the basic components [7]. That’s 
why, we have integrated a bandgap reference, presented in 
next section. 

THE BANDGAP REFERENCE 

Figure 2 shows the implementation of the band-gap 
reference concept. The operational amplifier is in a feed-
back loop so the input differential voltage has to be a zero 
[3].   

Fig. 2. Band-gap voltage reference circuit 
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Fig. 3. Bandgap circuit 

That’s why I1 and I2 are forced to be equal to the ratio: 

(3) 

If Q1 and Q2 are well-matched and neglecting the base 
currents, the difference between their base-emitter voltag-
es are: 

  (4) 

With IS = saturation current of the transistor, AE = emit-
ter surface of the transistor This differential voltage ∆Vbe 
appears directly across resistance R3, that is:  

(5) 

That’s why the reference voltage Vr is: 

(6) 

So Vr comes about +1.25V which is very nearly equal 
to the band-gap voltage of silicon.   

The bandgap circuit is shown on figure 3. The gain of 
the differential stage is given by: 

 (7) 

So, the gain of the whole circuit is A0 = 78dB. This 
two-stages amplifier is only marginally stable when used 
in a feedback circuit. So, we have to introduce a pole-
splitting capacitance Cc to make the circuit always stable.  
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Fig. 4. a. Gain response without Cc; b. Gain response with Cc 

Fig. 5. Error amplifier and ballast element circuit 

Fig. 6. a. Gain response without Cc; b. Gain response with Cc 
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The gain frequency response obtained with or without 
the compensation capacitance is shown on figure 4. 

THE AOP AND THE BALLAST ELEMENT 

The error amplifier and ballast element circuit is shown 
of figure 5.  

The gain of the differential stage is given by: 

(11) 

The gain of the second stage is given by: 

 (12) 

Neglecting the voltage gain of the source follower 
stages, the gain of the whole circuit is A0 = 72 dB. 

A pole-splitting capacitance Cc is used to make the cir-
cuit always stable.  

The gain frequency response obtained with or without 
the compensation capacitance is shown on figure 6. 

PERFORMANCES AND CONCLUSIONS 

The temperature coefficient given by PSpice simula-
tions is: 

(13)

The total power dissipation is 9mW. The global con-
sumption without an external resistance load RL is 1.9mA. 
The power-supply-rejection-ratio is 1.4% and the output 
resistance is 0.025Ω.  

So this paper shows that it is interesting to integrate a 
voltage regulator in a ASIC in order to regulate the input 
voltage of both analog and digital circuits, because the 
performances obtained are quite good for a reduced place. 
The circuit has been realised in CMOS 0.6µm technology.  

This ASIC will be tested to compare the measured per-
formances with the expected performances. If the meas-
ured performances are satisfying, the ASIC will be used in 
on board applications where low volume and low power 
consumption are key elements. 
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ABSTRACT

Frequency domain techniques, like harmonic balance and describing func�

tion, are classical methods for studying and designing electronic oscillators

and nonlinear microwave circuits. In most applications spectral techniques

have been used for determining the steady�state behavior of nonlinear cir�

cuits that exhibit a single periodic attractor. On the other hand, the global

dynamics of nonlinear networks and systems is usually investigated through

time�domain techniques, that require to introduce rather complex and

sophisticated concepts. Recently some HB based techniques have been pro�

posed for investigating bifurcation processes in nonlinear circuits that pres�

ent several attractors (the authors have considered systems that admits of a

Lur'e representation). Their approach presents the advantages of providing a

simple and qualitative description of the system dynamics, that can be effec�

tively exploited for design purposes. In this manuscript we will examine a

third order hysteretic oscillator, that cannot be described in the classical

Lur'e form and we will show that its dynamics can be investigated through

the joint application of the describing function technique and of a suitable

time�domain method for estimating Floquet's multipliers.

KEYWORDS: Hysteretic Oscillator, Frequency domain techniques, 

Floquet's multipliers.
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Frequency domain techniques, like harmonic balance 
and describing function, are classical methods for studying 
and designing electronic oscillators and nonlinear mi-
crowave circuits [1], [2], [3]. In most applications spec-
tral techniques have been used for determining the 
steady-state behavior of nonlinear circuits that exhibit a 
single periodic attractor. On the other hand, the global 
dynamics of nonlinear networks and systems is usually 
investigated through time-domain techniques, that require 
to introduce rather complex and sophisticated concepts [4]. 

Recently some HB based techniques have been proposed 
for investigating bifurcation processes in nonlinear circuits 
that present several attractors [5]-[11]. In [12], [13] the 
authors have considered systems that admits of a Lur’e rep-
resentation. They have shown that the describing function 
technique (i.e., HB with a single harmonic) is able to predict 
the occurrence of chaotic behavior and several bifurcation 
phenomena. Their approach presents the advantages of 
providing a simple and qualitative description of the sys-
tem dynamics, that can be effectively exploited for design 
purposes. 

In this manuscript we will examine a third order hys-
teretic oscillator, that cannot be described in the classical 
Lur’e form and we will show that its dynamics can be 
investigated through the joint application of the describ-
ing function technique and of a suitable time-domain 
method for estimating Floquet’s multipliers. 

We consider the third order hysteretic oscillator shown 
in Figure 1 of [14] and described by the following set of 
normalized state equations: 

(1) 

(2)

(3)

where the dot denotes the time-derivative and α, β δ and 
γ depend on circuit parameters. According to [14] f (·) is 
defined as the R → R function, obtained by finding for 
each w the unique solution of the following transcenden-
tal equation. 

f = δ sinh[w − f ]        (4) 

As a preliminary step we show that the above set of 
equations can be reduced to a scalar Lur’e like system. 
The first two equations (1) and (2) allow one to derive a 
linear relationship between x(t) and z(t): 

z(t) = L(D)x(t)    (5) 

where D = d/dt denotes the first order differential operator 
and 

  (6) 

By substituting expression (5) in equation (3), we ob-
tain the following Lur’e like model, in term of the scalar 
variable x(t): 

DL(D)x(t) = γf [x(t) − L(D)x(t)] − δ sinh[L(D)x(t)]  (7) 

As pointed out above, we will show that the most sig-
nificant dynamic properties of the hysteretic oscillator 
under study, can be qualitatively revealed through the 
joint application of the describing function technique and 
of a suitable time-domain method for computing limit 
cycle Floquet’s multipliers. 

We assume that any periodic signal of period T = 2π/ω 
can be approximated by a bias term and a single harmonic. 
We have 

x(t) ≈ x̃ (t) = A + B sin(ωt)          (8) 

where A denotes the bias term and B is the amplitude of 
the first order harmonic. 

The following expressions can be readily computed: 

(9) 

(10) 

(11) 

By exploiting (11), it is also derived that expression 
f [ (x t)  L(D x) (t)]  can be considered as a function (here-

after named F ( ) ) of the describing function parameters 

A, B and ω and of time: 

(12) 

According to the describing function technique, the 
following first harmonic approximation of function 
f [ (x t)  L(D x) (t)]  holds: 

    (13) 
where 

    (14) 

Since the explicit expression of function f(·) is not 
known (because the latter is found as the solution of the 
tran-scendental equation (4)), the integrals above do not 
admit analytical expressions.  
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However they can be numerically computed to any 
desired accuracy, for any set of parameters A, B and ω. 

By following a similar procedure, the first harmonic 
approximation of sinh[L(D)x(t)] (the other nonlinear func-
tion appearing in the scalar model (7)) can be found. 
We have: 

    (15) 

where 

   (16) 

The integral expressions (16) can be analytically com-
puted. In fact, after some algebraic manipulations, the 
following fundamental integrals can be derived (for any 
set of real coefficients R P, Q). 

  (17) 

(18) 

(19) 

where I0 and I1 denotes the modified Bessel function of 
the first kind of order zero and one respectively. 

Since, according to (9) and (11) the following expres-
sion stands for L D( ) x(t)  

 (20) 

the analytical close form for the integrals (16) can be 
readily derived by replacing R, P and Q in (17) - (19) with 
the expressions shown below: 

   (21) 

By substituting in (7) the first order harmonic approx-
imations of the nonlinear functions f [ (x t)  L(D ) (x t)]  

and sinh[ (L D) x(t)]  derived in (13) and (15), and of 

DL D( )x t( )  derived in (10), we obtain a non-di˙erential 

system of three equations with three unknowns A, B and 
ω (hereafter named describing function system): 

 (22) 

where Re[L(jω)] and Im[L(jω)] are given by (11) and the 
coefficient FA,B,C and GA,B,C have the expressions reported 
in (14) and (16) respectively. 

The describing function system can be solved in a 
very efficient way, by exploiting standard numerical 
methods. If for a given set of parameters α, β, γ and δ a 
solution (A, B and ω) exists, the latter is called predicted 
limit cycle. Since the describing function technique is ap-
proximate in nature, in general one cannot guarantee that 
there is a one to one correspondence between the describ-
ing function solutions (predicted limit cycles) and the actu-
al limit cycles of the system. There are however two possi-
ble approaches for discussing the accuracy of the describ-
ing function prediction. The first one consists in the com-
putation of the distortion index ∆, that for the system under 
study can be defined by adapting the well known definition 
given in [13] for classical Lur’e systems: 

 (23) 

where 

   (24) 

If the distortion index is small enough, i.e. ∆ < 0.01, 
then the describing function prediction can be considered 
reliable. 

The second approach requires to verify a set of rather 
complex conditions, under which one can guarantee the 
existence of an actual limit cycle in a computable neigh-
borhood of the predicted limit cycle [3]. 

As we have already pointed out, several describing 
function based methods have been developed for investi-
gating limit cycle stability properties and their most sig-
nificant bifurcation phenomena [13]. Such methods main-
ly rely on the Loeb’s stability criterion and are based on 
the investigation of the homogeneous linearized system 
equation, obtained by perturbing the original solution in a 
way that depends on the bifurcation under study. 

In this manuscript we will show that an accurate in-
vestigation of limit cycle stability and bifurcations, can be 
carried out by linearizing the system equation (1)-(3) 
along the solution predicted by the describing function 
technique and then by computing the Floquet’s multipli-
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ers of the corresponding variational equation. By denoting 
with w t( )  [ x(t), y t( ) , z(t)]'  the describing function solu-

tion and with wp(t) a generic perturbation of w t( ) , the 

variational equation is readily derived: 

 (25) 

 (26) 

where z t( )  can be computed as L(D)[ x t( ) ] by exploiting 

(5) and (9); f ’(·) denotes the derivative of function f(·) 
with respect to its argument, whose expression can be 
obtained from (4): 

    (27) 

Once matrix A(t) is known, the Floquet’s multipliers 
can be effectively computed by using the time-domain nu-
merical algorithm described in [15]. 

The application of the mixed time-frequency domain 
technique described above, allows one to identify and char-
acterize the main dynamic features of the hysteretic oscil-
lator under study. We will show in the final version of the 
manuscript that the most significant bifurcation curves 
(pitchfork and flip bifurcations) can be detected and that 
the parameter regions in which more attractors coexist 
can be identified with a good accuracy (see Fig. 2 of [14], 
where a bifurcation brute-force analysis was carried out, 
for a synthetic description of the oscillator dynamic behav-
ior). The accuracy of the technique has been checked by 
comparing the results with those obtained by applying the 
spectral method described in [17], based on the approxi-
mation of the state through a large number of harmonics. 

As a conclusion we remark the main characteristics of 
our approach, in comparison with previous works on spec-
tral techniques [13] and on hysteretic oscillators [14]. 

Remark 1: The proposed techniques applies to an 
hysteretic oscillator, that cannot be described as a classi-
cal Lur’e system. Then it represents a sort of extension of 
the general results presented in [13]. 

Remark 2: In comparison with the spectral technique de-
scribed in [13] the proposed method represents an alterna-
tive and simpler way for studying bifurcations, that in 
some cases gives rise to more accurate results (see for ex-
ample [16], where bifurcations in a Colpitts’ oscillator 
were investigated). Moreover in all cases that we have 
considered the predictions yielded by our method are 
never less accurate and precise than those provided by 
applying the technique developed in [13]. 

Remark 3: With respect to the brute force method 
presented in [14], the proposed technique allows one to 
predict the existence of unstable limit cycles, that play an 
important role for understanding bifurcation phenomena. 
Hence it provides a more complete knowledge of the 
global dynamics of the hysteretic oscillators. 
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ABSTRACT

The growing demand for portable computing devices leads to new elec�

tronic systems fulfilling the requirements for the low power dissipation in

the chip. Although, reduction of supply voltage is one of the most effective

techniques of decreasing the power consumption in digital CMOS VLSI

circuits it results in chip throughput degradation. This paper presents three

versions of the Inserting Idle Operation with Interchanging heuristic algo�

rithm, namely simple IIOI, MAximal RELativity (MAREL) and

UNIform LOad (UNILO). They are applied to the high�level synthesis of

CMOS VLSI circuits with power reduction. Comparison of the obtained

results for the chosen set of benchmarks show the different levels of power

reduction obtained by different algorithms applied. For different bench�

marks the power reduction reaches up to 15%, and up to 68% with extend�

ing latency by 50%.

KEYWORDS: Low power design, VLSI digital circuits, high level synthesis

and low power design, heuristic algorithms.

The article is reworked from unpublished 2nd IEEE International Conference on Circuits and Systems for Communications (ICCSC) materials.



31No. 4. 2021 SYNCHROINFO JOURNAL

INTRODUCTION 

The growing demand for portable computing devices 
leads to new electronic systems fulfilling the require-
ments for the low power dissipation in the chip. Although, 
reduction of supply voltage is one of the most effective 
techniques of decreasing the power consumption in digi-
tal CMOS VLSI circuits it results in chip throughput 
degradation [1], [2], [3]. 

The main part of the power dissipated in the CMOS 
circuit (single functional unit fui) is dynamic power 
represented by: 

(1) 

where ai is the activity factor (i.e. the probability of a 
power consuming transition) of the functional unit fui, CLi 
is the load capacitance, Vddi is the supply voltage, and fclk is 
the clock frequency.   

By decreasing the voltage swing for a given load ca-
pacitance of the chosen functional units, we can reduce 
power consumption quadratically as in (1) but their tog-
gling time (Tti) will be longer and is defined as [1], [3]: 

(2) 

where K is a technology constant, Vt is a threshold voltage 
and α is a constant depending on device technology 
(1<α< 2). The toggling time (Tti) defines the delay time 
(tdi) of the functional unit fui.  

Figure 1. shows the dependency of supply voltage 
(Vdd) on normalized delay times for an inverter as a func-
tional unit. 

Fig. 1. Influence of the supply voltage (Vdd) on the nominal delay 
(td) of CMOS inverter with a load of 0.1pF for the Alcatel Mietec 

0.35µm technology (Vt = 0.66V) [3] 

dd

For this example the relation between the nominal de-
lays td  (see Fig. 1) for points A A ( 3V V.0  ) and B

( dd
B 1,V V48 ) is given by: 

(3) 

In fact, to reduce the power dissipated in an electronic 
CMOS circuit, the supply (Vdd) and the threshold (Vt) 
voltages should be tuned according to the system activity 
requirements [1], so the maximal toggling time of the 
circuit is expressed
by (2). 

It leads to a lower value of the supply voltage Vdd 
that results in reducing the dynamic power consumption 
(Pdi ~V2

ddi).   
This paper presents the comparison of the results of 

three versions of Inserting Idle Operations with Inter-
changing (IIOI) heuristic algorithm, namely raw IIOI, 
MAximal RELativity (MAREL) and UNIform LOad 
(UNILO) applied to the high-level synthesis (HLS) of 
CMOS VLSI circuits with power reduction. 

All of them utilize as soon as possible (ASAP) algo-
rithm. All three presented algorithms lead to decreasing 
the supply voltage of the chosen functional units (from 
the constrained set of resources) without degradation of 
the chip throughput. 

PROBLEM FORMULATION 

Our task is to minimise the dynamic power (Pd) of 
CMOS circuits/systems during the HLS using three heu-
ristic algorithms.  

In HLS the behavioural specifications of digital sys-
tems are mapped to structural designs at the register trans-
fer level (RTL). The behavioural specifications consist of 
algorithms which describe the behaviour of circuit outputs 
in terms of circuit inputs and timing constraints [1], [2], 
[3].  

A computational task to be scheduled on the set of 
functional units {fui} (resources) can be modelled by a 
data flow graph DFG(V,E) where a set of vertices 
V (| V |= n ) represents operations of the program and a set 
of edges E represents the data (variables and constants) 
[2], [4], [6].  

For the given DFG the result of the HLS can be repre-
sented by the scheduling graph (SG) in which each vertex 
of DFG is assigned to the appropriate element of the set 
of resources {fui} and a control step(s) (CS) in such a way 
that all data dependencies are satisfied. Each column of 
SG corresponds to one element fui of the set of resources 
and each row to the successive control step CS.  

The HLS task is constrained by a limited set of re-
sources ({fui}) e.g. multipliers (MULT), adders (ADD), 
subtractors (SUB), gates, etc., and an acceptable through-
put (described by the maximal number of control steps 
CSMAX) [3].  
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If it is possible to introduce slacks for chosen re-
sources without decreasing the throughput of the whole 
system, then they can be supplied with a lower Vdd, which 
results in reducing power consumption. Note that in some 
applications, especially for systems that have different 
working modes, CSMAX can be extended. In the experi-
mental part of the paper we have considered CSMAX 
extension by 10, 20 and 50 percent.  

According to the above discussion, we can formulate 
the problem to be solved as follows: for given DFG as-
sign the operations to functional units, introduce the 
slacks for chosen resources and construct the scheduling 
graph so that the dynamic power consumption of CMOS 
circuit/system in question is minimised without deterio-
rating its throughput (measured by the number of control 
steps CS). 

The slack of the functional unit is introduced by re-
duction of its supply voltage Vdd. This results in increas-
ing the delay of the unit and appropriate reduction of the 
power consumption as explained in the introduction (in 
this paper we consider delay by 2, 4 or 8 times). The 
problem of assigning the operations and distributing the 
functional unit slacks is solved in two stages. First, the 
ASAP-like base algorithm is used to construct the non-
delayed scheduling graph. Then it is modified with the 
IIOI [3] scheduling algorithm, and its two extensions, 
namely MAREL and UNILO described in the next sec-
tion. 

SCHEDULING ALGORITHMS DESCRIPTION 

Three scheduling algorithms, namely IIOI, MAREL 
and UNILO, used for power reduction in digital CMOS 
circuits during high-level synthesis are presented. All the 
algorithms are based on the same two-stage core, de-
scribed below.   

The First Stage of the Algorithms 

The first stage of the algorithms is a modified ASAP 
scheduling process. Modifications include resource con-
straints and multi-cycle operations.  

The pseudo-code of the ASAP stage of the algorithms 
is presented below, with function explanations following. 

assign_p_labels ( ) (line 1) 

The function assigns the p-labels to each operation.  
P-label of an operation is equal to the number of the 

control steps needed to perform all child operations in the 
DFG. Operations without any child-operations (i.e. hav-
ing system outputs only) have p-label equal 0; 

Vr = find_ready_operations ( ) (line 5)  

Fig. 2. The first (ASAP) stage of the IIOI/MAREL/UNILO 
algorithms 

This function returns the Vr set of operations ready to 
be scheduled, i.e. assigned to the chosen functional unit, 
in the current control step. Operation is ready to be 
scheduled if all input values required are calculated, i.e. 
all parent-operations are finished. 

fus ← find_fu( vs ) (line 9) 

This operation finds the functional unit for the chosen 
operation that is ready to be scheduled at the current con-
trol step. If there are no free resources at the moment, 
function returns NULL, and selected operation scheduling 
is delayed.  

If there is only one functional unit of the proper type 
available, then it is returned.  

However the differences between IIOI, MAREL and 
UNILO algorithms depict the situation when there is 
more than one functional unit of the proper type available.  

The IIOI algorithm, simply chooses the first available 
functional unit.  

The MAREL algorithm calculates the relation distance 
for all available functional units.   

The UNILO algorithm selects the functional unit that 
have the smallest number of operation assigned. This en-
sures that load is uniformly balanced over all of the func-
tional units. 

assign( vs , fus ) (line 12) 

The functions assigns the operation to the chosen 
functional unit at the current control step. If the operation 
being assigned is a multi-step one then the appropriate 
number of following control steps is also reserved. 
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The Second Stage of the Algorithms 

The second stage (Fig. 3.) is the same for all the algo-
rithms. It consists of delaying of the initial SG created in 
the first stage. The Csu set includes all columns suitable 
for delaying, and Cms indicates the most suitable column 
selected out of this set. The chosen Cms column actually 
undergoes the process of delaying.  

Functions used in the pseudo-code are explained be-
low. 

Fig. 3. The second stage of the IIOI/MAREL/UNILO 
algorithms 

fsc_fulfiled( Ck ) (line 5) 

This function performs the check of the free space 
condition (fsc), defined by the formula: 

) (4

where ni is the number of cycles needed to perform the 
operation, lk is the number of operations assigned to the 
Ck functional unit column, ro is the number of free opera-
tion slots after the first occurrence of an operation in the 
Ck functional unit column.  

The condition (4) checks if there are enough free 
csteps for the idle operations identifying the longer pro-
cessing time of a fui. Every Ck selected for the frequency 
lowering has to fulfil the condition (4). Despite the fact, 
that cascading operations from the other Ck's are not taken 
into consideration while calculating fsc , it is sufficient for 
quick pre-rejection of some Ck from the Csu set, before 
starting the time consuming delaying process. 

there_is_same_fu( Ck ) (line 12) 

This functions simply indicates, whether there is an-
other fu of exactly the same type as the one assigned to 
Ck, i.e. being capable of performing the same type of op-
eration in the same time. 

Cl =column_of_the_same_fu(Ck) (line 14) 

This function seeks for a column containing the same 
operations as Ck and sets the Cl pointer to it. 

fvi( vi ) (line 16) 

The fvi(vi) function calculates fvi factor for the vi oper-
ation with the following formula: 

(5) 

where ivi is the number of independent inputs of the op-
eration vi, ovi is the number of system outputs of the op-
eration vi , favi = csM –(cse +ni), csM is the maximal num-
ber of csteps admissible, and cse is the number of cstep, 
which vi is assigned to, svi is the number of operations of 
the same type as operation vi in the path of DFG below 
the operation vi, ni is the number of cycles needed to per-
form the operation, pi is the p – label of the operation vi, 
the minimal p label of an operation equals 0, hence addi-
tion of 1 in the denominator is necessary to avoid dividing 
by 0.  

The fvi value of an operation indicates its suitability 
for being slowed down. It is used when there is more than 
one column of the same type, in order to create least in-
terconnected column by interchanging operations.   

interchange( vi , vj ) (line 17) 

This function swaps the vi and vj operations, so that 
the vi is located in operation slots formerly occupied by vj 
and vice versa. 

fck( Ck ) (line 19) 

The value of the function is given by: 

(6) 
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Table I 

Power reduction obtained by IIOI (I), MAREL (M) and UNILO (U) for HLS for chosen DFG benchmarks 

Where Pn
dCk is the normalised dynamic power dissi-

pated in Ck functional unit column (fu-assigned to the Ck 
column, Pn

dCk  is normalised to the fui having the lowest 
value of Pdi), lCk is a number of operations in the Ck func-
tional unit column.  

The fck function is responsible for selecting the most 
suitable column (Cms) for inserting idle operations, from 
the Csu set. It chooses the column assigned to the fui that 
has the highest power demand, hence gives the highest 
power demand reduction when slowed down.   

insert_idle_operations( vi ) (line 25) 

This function simply adds new operation slots with 
idle operations after the vi operation. If there is an empty 
operation slot after the last cstep occupied by vi, then an 
idle operation is added there. However, when there is no 
empty room for a new idle operation, then the next opera-
tion in the column of vi is delayed. Next the data inter-
connections between vi and its successor operations must 
be checked. This is done by the delay_all_successors 
function described below. 

delay_all_successors( vi ) (line 26) 

This function checks if all the data needed to perform 
successor operation (si) of vi are available on time, by 
checking the condition: 

END_CSTEP(VI) ≤ START_STEP(SI)  (7) 

If it is not fulfilled, then the successor is delayed as 
many cycles as needed (so that 
start_step(si)=end_cstep(vi)). Such delay implies the need 
for checking all the data interconnections between the 
successors of si. If the delay is not possible due to the csM 

constraint, the frequency lowering of vi (and the function-
al unit it is assigned to) fails. In such a case the column 

containing vi, i.e. Cms is removed from the Csu set F, and 
the process starts from the beginning. 

EXPERIMENTAL RESULTS 

In our experiments, we also have considered CSMAX

extension by 10, 20 and 50 percents. The results obtained 
for chosen benchmarks [4] are presented in Table 1. 

CONCLUSIONS 

The level of power reduction obtained by IIOI, 
MAREL and UNILO algorithms are very promising, yet 
they strongly depend on the benchmark structure. The 
main advantage of the presented algorithms is their sim-
plicity which makes them very robust. Further compari-
son of the results obtained by IIOI, MAREL and UNILO 
algorithms with the evolutionary one [2] show that for 
some benchmarks heuristic algorithms give better results.  

Moreover, the heuristic algorithms run in significantly 
shorter time than evolutionary ones and in many cases 
lead to the acceptable results. 
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ABSTRACT

Satellite communications offer a wide coverage for global communication

systems. In order to increase spectral efficiency, non constant modulus

constellations are very attractive compared to the classical BPSK and

QPSK schemes. A 16�QAM modulation could offer a significant increase

in spectral efficiency for satellite communications. Because the available

power on board the satellite is strongly limited, High Power Amplifiers

(HPA) like Travelling Wave Tubes (TWT) or Solid State Power Amplifiers

(SSPA) are generally operated near the saturation point with a low back

off. When operated with such low back off, HPA are highly non linear

amplifiers. So, the signal to amplify being strongly distorted, a predistorter

has been developed. A high power amplifier predistorter has been imple�

mented in 0.6 m CMOS technology. First, the predistorter is briefly

described. Then, the implementation of the predistorter is shown. The cir�

cuits designed for the neuron first layer are described, as well as the simu�

lation results obtained.

KEYWORDS: High power amplifier, MLP neural network predistorter,

Gilbert cell, Kirshoff adder, analog circuits, 0.6 m CMOS technology.

The article is reworked from unpublished 2nd IEEE International Conference on Circuits and Systems for Communications (ICCSC) materials.
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PREDISTORTER DESCRIPTION 

The predistorter must fight against two impairments 
given by the non linear amplifier, the AM/AM and 
AM/PM conversions. In order to do that, a mimic struc-
ture has been adopted [1], [2]. The predistorter is com-
posed of two Neural Networks (NN), one NN computes 
the phase shift correction and the other one computes the 
gain correction. The input of both NN is the square modu-
lus, ρ2 = I2 + Q2 , of the input signal I+jQ. Data I and Q 
having a 25MHz bandwidth, the input of the NN, ρ2, is a 
50MHz signal. All details concerning the structure of the 
predistorter can be found in [4] for example. Each NN is a 
MLP network with 10 neurons in the hidden layer. The 
architecture of one of the NN is shown on figure 1.  

W1k and b1k are respectively the input weight and bi-
as (or offset) of the first layer of neuron number k. W2k is 
the output weight (or gain) of neuron k, while f(.) is a non 
linear function like a hyperbolic tangent function. b2 is 
the output bias of layer 2. The weights and biases are up-
dated following a gradient based algorithm using back 
propagation [3]. 

Fig. 1. Architecture of the MLP Neural Network 

PREDISTORTER IMPLEMENTATION 

The NN core is implemented in an analog ASIC 
whereas the adaptive algorithm is implemented in an ex-
ternal DSP. For the digitization of signals, 8 bits DAC 
converters are sufficient. This technique is particularly 
attractive because of the high integration density for the 
NN core; the good accuracy and the easy memorization 
for the algorithm part. Moreover, analog implementation 
permits to control high frequency signals unlike digital 
techniques; and implementing the algorithm on a DSP 
permits the future evolution of the adaptive algorithm.   

The NN core is realized with a submicronic CMOS 
technology because CMOS offers a good reliability as 
well as reproducibility. The maximal bandwidth and the 
power supply are determined by the minimum length of 
the transistors channel. So, we have first verified that the 
circuits bandwidth was sufficiently high in 0.6 µm tech-
nology ( > 50MHz) [4]. This technology permits to use a 
5V power supply instead of 3.3V for a 0.35 µm technolo-
gy. Having a higher voltage permits to have a higher dy-
namic range of the neuronal functions. The choice of the 
packaging is made by computing the number of in-

puts/outputs, considering the neural network, one test 
neuron, test elementary cells and more than 10 ground 
pins evenly distributed. This balance sheet, reported on 
table, imposes to use a JLCC84 case. 

Table 1 

Balance sheet of the 84 pins ASIC 

To implement the neuronal functions, three types of 
analog cells are necessary [5]: adders, four-quadrant mul-
tipliers and a non linear function. Many possibilities have 
been explored to realize these functions. At last, all the 
functions implemented on the ASIC are Gilbert cells, 
Kirshoff adders and sources-coupled differential cell to 
realize the hyperbolic tangent function. Each cell has been 
individually optimized depending on its specifications 
and place in the predistorter. 

THE SQUARE MODULUS FUNCTION ρ2 

The implementation of the square modulus function is 
shown on figure 2. It is composed of 2 Gilbert cells con-
figured like frequency doublers, to perform I2 and Q2 re-
spectively. A Kirshoff adder is used to perform I2 + Q2.  

The maximum dynamics of the input signals(I(t) and 
Q(t)) has been evaluated, in order to reduce noise while 
preserving a signal distorsion < 1% at the output of the 
function. The maximum amplitude of the differential in-
put voltage ∆Vd Max  allowed for I and Q signals in order 
to avoid the saturation of the output differential current is 
[6]: 

(1) 

Ipol = 500 µA +/- 20%, the current supplied by Q7 or 
Q’7, Kp = µon Cox = 120e-6 A2/V +/-20%, W/L = 40µm / 
0.6µm the channel size of the sources-coupled pair.  
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Fig. 2. The square modulus function is composed of 2 Gilbert cells and a Kirshoff adder 

Fig. 3. a)  first multiplier input,  first multiplier output,  second multiplier input, second multiplier output; 

b) square modulus function output

Ipol is not very well known because of the absolute tol-
erance on the sheet resistances, as well as Kp. That is why 
we have chosen I and Q range around 200mV to stay in 
the linear region of the transfert of the differential pairs as 
well as being strongly superior to the voltage noise. Simu-
lation results showing the multipliers outputs and the 
function output are reported on figure 3. 

THE NEURON FIRST LAYER 

In the neuron first layer (fig. 1), there is to multiply 
the square modulus with a weight (to control the ampli-
tude and the polarity of the signal) and to add it a bias 

(to control the d.c.value). Both functions have been im-
plemented together as shown on figure 4. 

The output of the square modulus function is applied 
on the gate of Q3 and Q4 through the use of an external 
capacitor in order to filter the d.c.value of ρ2. Matlab 
simulations have shown that the high-pass filter obtained 
must have a low cutoff frequency less than or equal to 
1MHz to keep a Signal to Error Ratio of 36dB [7]. SER 
being the ratio between the HPA output power and the 
power of the identification error. Knowing that the input 
resistance R = 10kΩ, the external capacitor C must be 
equal to or higher than 16pF.  
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Fig. 4. Neuron first layer: the square modulus function output is multiplied with a weight called “vpoids1” 
and is added with an offset called “vbiais1” 

This value is too high to be integrated in the ASIC, 
that is why the connection between the output of the 
square modulus function and the input of the neuron first 
layer is external. The multiplier used is a Gilbert cell 
where the signals to multiply are the output of the square 
modulus function and the weight called Vpoids1. 

The principle of the adder part is to create a current I 
in Q30 which is mirrored in Q27, Q28, Q29. Q27 will 
always impose a current I to one of the cell outputs 
(Vsmultadd+). A current 2I must be provided by Q23 + 
Q24. Each of them will provide a current I when Vbiais1 
= 0. So, Q29 will impose a current I to one of the outputs 
of the multiplier, as well as Q27 to the other output. In 
this case the d.c.value of the cell output (Vsmultadd+ - 
Vsmultadd-) is equal to zero.  

If Vbiais1 increases, current in Q23 increases, so the 
d.c. value of (Vsmultadd+ - Vsmultadd-) increases ; and 
conversely. The output of the cell (Vsmultadd+ - 
Vsmultadd-) is presented on figure 5a with vbiais1 = 0V 
and Vpoids1 varying between –0.5V and +0.5V and on 
figure 5b with Vpoids1 = 0.1V and Vbiais1 varying be-
tween –0.5V and 0.5V. The input of the cell is a 50MHz 
sine. 

Then, the output signal is multiplied with a tanh func-
tion (fig.1). The function has been realized with a source-
coupled differential pair [4].  

Figure 6 represents both drain currents versus the in-
put differential voltage (curve a). The hyperbolic tangent 
function has also been plotted (curve b). 

Fig. 5. Output of the first layer multiplier-adder 
(Vsmultadd+ - Vsmultadd-):  

a) vbiais1 = 0V, -0.5V<Vpoids1<0.5V;
b)) vpoids1 = 0 V, -0.5V<Vbiais1<0.5V

The neuron second layer, as well as the output adder, 
consists of the same functions as those constituting the 
first layer. 
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Fig. 6. a) drain currents of the source-coupled differential pair 
(simulation results); b) hyperbolic tangent function 

CONCLUSIONS 

We have simulated a Neural Network predistorter. 
This NN is based on a MLP structure. Because of the high 
speed of the transmitted signal (higher than 25MHz), we 
have adopted an analog implementation of the MLP Neu-
ral Network. The circuit has been implemented in 0.6µm 
CMOS technology.   
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ABSTRACT

Fractal theory has been widely applied in the filed of image compression

due to the advantage of resolution independence, fast decoding, and high

compression ratio. However, it has a fatal shortcoming  of  intolerant

encoding time because that every range block is need to find its corre�

sponding best matched domain block in the full image. Therefore, it has

not been widely applied as other coding schemes in the field of image com�

pression. In this paper, an algorithm is proposed to improve this time�con�

suming encoding drawback by the adaptive searching window, partial dis�

tortion elimination and characteristic exclusion algorithms. Proposed can

efficient  decrease  the  encoding  time significantly. In addition, the com�

pression ratio is also raised due to the reduced searching window.

Conventional fractal encoding for a 512 by 512 image need search 247009

domain blocks for every range block. Experimental results show that our

proposed method only search 120 domain blocks which is only 0.04858%

compared to conventional fractal encoder for every range block to encode

Lena 512 by 512 8�bit gray image at the bit rate of 0.2706 bits per pixel

(bpp) while maintaining almost the same decoded quality  as  convention�

al  fractal encoder does. This paper contributes to the research of encoder

of fast image communication system.

KEYWORDS: Fast communication, fractal encoder, compression.
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1. INTRODUCTION

A picture may be worth a thousand words, but it re-
quires far more memory to store or bandwidth to transmit. 
With the successes of multimedia technology and the era 
of wideband network, peoples’ desire to the high quality 
of multimedia still can not be satisfied. All the scholars in 
the universities and the engineers in the industry want to 
get the compromise between the limited network band-
width and the unlimited human desire.  Among all the 
digitized data that we people can touch every day, such as 
digital library, VCD, DVD, JPEG, etc, the kernel of the 
system or the standard that commercial products use is the 
compression technique.  

There are many coding schemes that have been devel-
oped such as DCT, VQ, Wavelets, BTC, Fractal, etc. In 
general, the criteria to evaluate the performance of a 
compression system include 1) compression ratio 2) re-
constructed quality 3) processing time. Fractal compres-
sion can achieve the highest compression ratio among all 
the existed coding schemes theoretically; however, its 
encoding time is terrible intolerant to practical industrial 
applications. If this shortcoming of long encoding time 
can be improved, the application of fractal will be a prac-
tical consideration. 

The cause of fractal image coding with high compres-
sion is that the minority of blocks through rotations repre-
sent the majority of blocks. In a word, fractal encoding is 
based on Partitioned Iterated 

Function System (PIFS).  The detailed descriptions of 
PIFS can be found in [2], [3], [4]. To improve the draw-
back of time consuming in encoding process, we utilize 
classification and local search techniques to exclude those 
un-related searching domains to reduce the encoding time 
while decreasing the bit rate as well in this paper. The 
remaining sections are organized as follows: Section 2 
will depict the basic fractal image coding. Proposed 
method is given in Section 3 and results will be shown in 
Section 4.  

FRACTAL IMAGE CODING 

Fractal image coding is based on partition iterated 
function system (PIFS).  Let an original image be parti-
tioned into non-overlapping regions called range blocks 
(R) and overlapping regions called domains blocks (D). 
The size of each domain block should be larger than that 
of the range block to satisfy the property of contraction. 
Let D’ denotes the down sampled domain block of D 
and the D’ size is equal to range blocks to match the 
contractive property.  

The transformations are composed of a geometric 
transformation and a massic transformation. The geo-
metric transformation consists of moving the domain 
block to the location of the range block and adjusting the 
size of domain block to match the size to size range 
block. The massic transformation adjusts the intensity 
and orientation of the pixels in the domain block after it 

has been operated on by the geometric transform. The 
massic transformation ti can be depicted as follows: 

For each range block, we must find the best matching 
domain block (D’) by the affine transformations  

(1) 

where si controls the contrast and oi controls the bright-
ness. Z = f (x, y) is the gray level value at (x, y) and ai, bi, 
ci, di, ei, fi denote the eight-symmetry such as (1) Identity 
mapping (2) Rotation by 90 degrees (3) Rotation by 180 
degrees (4) Rotation through -90 degrees (5) Reflection 
about mid-vertical axis (6) Reflection about mid-
horizontal axis (7) Reflection about diagonal (8) Reflec-
tion about cross diagonal. The i in si and oi denotes one of 
the above mentioned symmetries which means 
(1<= i <=8).  

In practice, we compare a range block and down sam-
pled domain blocks using RMS metric as follows 

(2) 

Where ak represents the pixel value of the domain 
blocks (D’) after eight transformations and bk represents 
the pixel value of the range blocks and the block size for 
both R and D’ is n by n. This RMS metric allows easy 
computation for optimal values of si and oi in equation 
(1).  This will give us contrast and brightness settings that 
make the affinely transformed ak values have the least 
squared distance from the bk values. The minimum of 
RMS occurs when the partial derivatives with respect to si 
and oi are zero, which occurs when   

(3) 

(4) 

There are many best matched criteria to choose.  The 
root mean square (RMS) is usually used in fractal image 
coding and the minimal RMS is the better matching. We 
use equation (2) to find the optimal si and oi and then 
quantize them for storage or transmission.  

In addition, the encoder must record the position of 
the best matched domain block (D’) and its transfor-
mation for each range block so as to reconstruct the de-
coded block on the decoder side.  
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The following example depicts how this encoding can 
be done.  Suppose the data to be dealt with is 512 x512 
pixel image in which each pixel can be one of the 256 
levels of gray( ranging from black to white). Let Ri be the 
8x8 pixel non-overlapping range block (i=1,..,4096) and 
let D be the collection of all the 16x16 overlapped sub-
squares of the image.  

The collection of D contains 497x497=247009 
squares. For each Ri, search through all of collection of Di

to find one which minimizes the RMS as equation (2); 
that is, find the part of the image that most looks like the 
image above R.  

There are 8 ways to map one square onto another, so 
that this means comparing 8x247009=1976072 squares 
with each of the 4096 range blocks. In addition, we must 
fulfill down-sampling for each Di to get the same size of 
R to satisfy the property of contraction.  

Choosing 1 from each 2x2 sub-square of Di or averag-
ing the 2x2 sub-square corresponding to each pixel of R 
can achieve the goal of down-sampling. From the above 
descriptions about the conventional fractal encoding, we 
know the huge computation overhead is obviously. The 
time to search the best matched domain block for every 
range block is intolerant a time consuming job in practical 
application.   

Therefore, we develop a new encoding algorithm to 
reduce the time in this research. In addition, the bit rate is 
also be reduced by the smaller search window. A lot of 
people make efforts in fractal improvement. Some inves-
tigate region-based image coding methods in [5] and 
some combine fractal with other algorithm such as wave-
let in [6], genetic algorithms in [7], discrete cosine trans-
form in [8], [9]. In a word, they make use of classification 
methods to reduce time.  

FAST ENCODING ALGORITHM 

The major factor to cause the huge computation for 
fractal encoding is the searching number of domain 
blocks. Therefore, decreasing the number of it is an insti-
tute method to speed up the encoding time. The methods 
to achieve the goal in proposed method are by classifying 
range and domain blocks, respectively and searching the 
algebraic adjacent region for every range block. Follow-
ing sub-sections depict the detailed descriptions of pro-
posed method.   

The classification approach has the advantage that it 
elegantly excludes the range block to search those domain 
blocks whose characteristics do not match the characteris-
tic of range block. 

Here, variance of a block is used to be the basic crite-
rion of classification. The formulas to get the variance of 
block X are given as follows: 

(5) 

(6) 

nxn is the block size of X. There are four classes of c1, c2, 
c3 and c4 after the classification. c1 is classified by vari-
ance merely once the condition var(X)<=T1 is met. Those 
range blocks belonged to c1 class are encoded and trans-
mitted or storage by the mean value u(X) only. The other 
range blocks whose classifications are not c1 will be en-
coded by fractal and those blocks are classified into c2, c3 
and c4. The criterion to classify those blocks into (c2, c33, 
c4) is according to the distortion after fractal encoding. 
Detailed algorithm is depicted as following:  

Input: range blocks (R) whose var(R)>T1   
Output: ci (i {1,2,3}) 
Step 1: Implement fractal encoding to find the best 

matched D within the searching window and record its 
distortion RMS by equation (2).   

Step 2: If RMS>T2, output c4;   
else ((RMS>T3)&&(RMS<=T2)) output c3; 
else output c2;  
We set three thresholds {T1, T2, T3} to get the classi-

fication. 
Note that T1 is the variance of input range block for 

classification and {T2, T3} is the RMS distortion to clas-
sification. Refer to Figure 1 and Figure 2, which are the 
resulted regions after classification when the threshold set 
is to {0.5, 25000, 15000}.  

Figure 1 is c1 class regions. 

Fig. 1. Pure blocks after classification 

There are three classes regions shown in Figure 2. 

Fig. 2. Fractal encoding regions 
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The regions marked by light lattice denote the c4 re-
gion, dark lattices represents c3 region and the other re-
gions without lattice belong to c2. Here, the size of each 
range block is 8 by 8. c1 blocks are compressed or trans-
mitted by the mean value of itself and c2 ~c4 blocks are 
compressed or transmitted by fractal encoding.  The fol-
lowing sections depict the reduction of searching window 
and the computation reduction method to find the best 
matched domain block for each c2 ~ c4 range blocks. 

If the size of each overlapped domain block (D) is 
16x16 and the we move D pixel by pixel to cover the 
whole image, there are 247009 domain blocks for a 512 x 
512 image. A range block is encoded by projecting it ten-
tatively on to the entire 247009 domain blocks in conven-
tional fractal encoding. Therefore, its computation burden 
is terrible huge. Proposed method decreases the searched 
number of domain blocks to about 120 while losing a 
little fidelity. For each range blocks in c2 ~ c4 classes, the 
searching window (SW) is only constrained to the nearby 
regions instead of the entire domain pool and we do not 
move D pixel by pixel within the SW to reduce the com-
putation burden furthermore. 

The step size to move D within the searched window 
is set to 4 pixels in the later experiments.  In addition, we 
exclude the domain blocks whose variances do not match 
the range block to be encoded within search window. 
Detail descriptions of the reduction of searching window 
for c2 ~ c4 range blocks are given as follows:  

Input: Class of range block (cx) and position of range 
block (i,j), image_size=MxN.  

Output: range of search window. 

(7) 

Compared to the conventional fractal encoding algo-
rithm whose searched numbers of domain block for every 
range block is (M-15)x(N-15) when the image size is M 
by N and the size of the domain block is 16 by 16, the 
economize searched number of domain block is given in 
(8) 

(8) 

Let the image size be 512 by 512 and the SW be 32, it 
only searches about 144 domain blocks nearby the range 
block in the proposed method, which is only about 1/1715 
compared to the conventional fractal encoding scheme. 
After selecting the searching window for every range 
block, the next step is to calculate as equation (2) to find 
the best matched one and its correspondent transformation 
within the window.  Note that for every input range block 
whose class is not c1, we treat it as c2 class at first.  If it 
meets the criterion of classification as described in the 
previous section, it will select larger searching window 
size to find better domain block.  

The major factor to lead the fractal encoding become a 
time consuming technique is the vast computation cost on 
RMS. Previous section depicts the algorithm to select the 
nearby domain blocks which decreasing the number of 
RMS of computation instead of the whole image. This 
section uses another methodology to decrease the compu-
tation furthermore.   

For every selected domain block, we must compute 
the error between the range block and the eight-
transformed domain blocks to find the best matched one 
whose error is minimum. We use a method to reduce the 
computation of RMS metric. This algorithm is called as 
Partial Distance Elimination (PDE) which is devised by 
Bei and Gray in 1985 for the application of fast Vector 
Quantization encoding. The PDE algorithm discards all 
domain blocks whose partial distortion relative to an input 
vector exceeds the current available nearest distortion. 
The operation of the PDE algorithm is summarized as 
follows:  

Input: Range block (R);   
Selected sampled domain blocks D’ (number is z);  
Output: Best matched D’ and its best isometric;  
Step1: find si and oi by equation (3)(4) for first D’; 

 (9) 



44 No. 4. 2021SYNCHROINFO JOURNAL

There are z Di’ (i=1..z) to be compared to R and every 
D’ has eight-symmetry forms; thus, the total RMS compu-
tation is zx8. Step 1 calculates a RMS error between R and 
the first isometric of D1’. Step 2 calculates all the other 
RMS including the other seven isometrics of D1’ and the 
eight isometrics of all the D2’ ~ Dz’; meanwhile, it com-
pares the distortion between the current minimum error and 
increasing RMS in (10). As long as the increasing RMS 
exceeds the current minimum error, it stops the RMS calcu-
lation and exits to the outer of the loop. Such a method can 
decrease the heavy computation of RMS effectively.    

SIMULATION RESULTS AND CONCLUSION 

In order to evaluate the performance of the proposed 
method, several images including Lenna, Lena are em-
ployed to test.  of the test images are 512 by 512 with 8-bit 
gray level. The circumstance of our experiment was on a 
single PC with Pentium 4-2.4GHz CPU and 256 MB 
RAM. In our discussion of the results, we will focus on the 
visual quality, encoding time, compression ratio, and 
PSNR.  Visual quality is an objective judgment and PSNR 
is an evaluation in mathematic sense.    

The bit rate for a 512 by 512 image whose size for a 
range block is 8 by 8 is calculated by the following: 

 (11) 

#cn denotes the number of each class. sw_cn represents 
the searching window size of class n. Because the c1 class 
range blocks are all pure, only the mean value of each one 
is transmitted instead of the fractal encoding.  

The second term (#c2× (2× sw _ c2 −15)2 +#c3× (2× 
sw _ c3 −15)2 +#c4× (2× sw _ c4 −15)2 ) /is the bits used 
to represent position of the searched D within the searching 
window for c2 ~ c4 classes. The size of each D is 16 by 16 
and moves the D four pixels a time. (#c2+#c3+#c4)×15 is 
used to specify the 8 transformations (3-bit) and si (7-bit) 
and oi (5-bit) for each R in class c2~c4. The last term 2/64 
is used for classification of each range block.  

The resulted data of encoding time, searched domain 
blocks and decoded quality after running to all the four 
images by the proposed method and conventional fractal 
encoding are given in table 1.  

Table 1 
Simulation Results 

ena LLena
Bit_rate(bpp)it 2706 0.2475
Compression Ratio 29.562 32.322
Encoding time (second) 15.89 12.546 
PSNR(dB) 28.9641 30.0904

The thresholds of classification (T1, T2, T3) is 
(0.5, 25000, 15000) and the searching window size for 
class_2, class_3, class_3 is 8, 16 and 64, respectively. The 
table lists the number of each class. The blocks belongs to 
Class_1 is pure so that fractal encoding is not employed.   

The average searched domain blocks for each range 
block with respect to Lena and Lenna are 129 and 120, 
respectively. Practical running time is 15.89 and 12.546 
seconds. Due to the reduced search window for each 
range block, the bits used to the represent best matched 
domain block also decreased.  

Refer to table 1, the bit rate is 0.515625 bpp for con-
ventional fractal encoding and the proposed method de-
creases the bit rate to 0.2706 bpp and 0.2475 bpp for Lena 
and Lenna, respectively. Running time is 28685 and 
28681 seconds for the two test images and bit rate for the 
two images are 0.515625 bpp by using the conventional 
fractal encoding. Because the numbers of searched do-
main blocks are restricted to the searching window, the 
decay of quality is indeed irreproachable. However, the 
visual difference is almost unnoticeable.    
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